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Load-Line Regulation With Estimated Load-Current
Feedforward: Application to Microprocessor
Voltage Regulators
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Abstract—A consistent framework for load-line regulation de-
sign is presented, applicable to microprocessor voltage regulators
(VRs) using either electrolytic or ceramic output capacitors. With
conventional feedback control, the loop bandwidth is limited by
stability constraints linked to the switching frequency. The output
capacitor has to be chosen sufficiently large to meet the stability re-
quirement. Load-current feedforward can extend the useful band-
width beyond that imposed by feedback stability constraints. With
load-current feedforward, the size of the output capacitor can be
reduced, since it is determined solely by large-signal and switching-
ripple considerations which are shown to be less constraining than
the feedback stability requirement. This work points to the feasi-
bility of microprocessor VR implementations using only a small
number of ceramic output capacitors, while running at sub-mega-
hertz switching frequencies.

Index Terms—DC-DC power conversion, estimation, feedfor-
ward systems, impedance control, load-line, microprocessors,
pulsewidth modulated (PWM) power converters, regulators, tran-
sient response, voltage control, voltage regulator (VR), voltage
regulator module (VRM).

1. INTRODUCTION

OLTAGE regulators (VRs)! convert 12-V bus voltage to
Vthe microprocessor supply rail of about 1.2 V. They have
to be able to handle load transients in the range of 100 A, with
rise and fall times on the order of tens of nanoseconds. At the
same time the output has to be regulated tightly to a load-line
with an impedance close to 1 m{2 [2], [3].

The low conversion ratio in VRs presents a challenge since
the duty ratio may saturate during large unloading transients,
thus slowing down the response. Decreasing the inductor value
increases the speed of response, however, this also increases the
inductor current ripple and the resulting power loss. On the other
hand, if a large inductor is used, the output capacitor has to be
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1By convention, if the VR is embedded on the computer motherboard, it is
referred to as a voltage regulator-down (VRD), while if it is mounted on a sep-
arate plug-in card, it is called a voltage regulator module (VRM).

made large, to sustain the load during transients. Increasing the
output capacitor count drives up the VR cost and footprint. The
limiting (critical) values of the power-train output capacitance
and the power-train inductance, which permit tight load-line
regulation, have been derived in [4]—-[8], respectively. A number
of topological modifications to the basic interleaved buck con-
verter have been proposed to improve the transient response,
while retaining high efficiency [9]-[19].

Besides these efficiency and transient considerations, the
tight load-line regulation requirements present a challenge to
the controller design as well. Conventional load-line regula-
tion (a.k.a. adaptive voltage positioning) sets the closed-loop
output impedance equal to the output capacitor effective series
resistance (ESR) [4], [5]. This method allows for the output ca-
pacitance to be halved for a given transient regulation window,
compared to stiff output regulation. Load-line regulation im-
plementations based on feedback current-mode control [4],
[5], [8] and feedback voltage-mode control with load current
injection [6], [15], have been presented, using power trains with
electrolytic output capacitors. Variations of these linear control
approaches are commonly adopted by industry, typically using
fixed-frequency pulsewidth modulated (PWM) modulation
[11]. With these techniques, the nominal system closed-loop
bandwidth is tightly related to the output capacitor ESR time
constant [8], [16]. With typical electrolytic capacitors having
such a time constant on the order of 3—10 s, it is straightfor-
ward for this approach to work with conventional switching
frequencies in the range of 200-500 kHz. For modern VR ap-
plications, ceramic capacitors present an attractive alternative
to electrolytics due to their low ESR and low effective series
inductance (ESL), small footprint, and low profile. However,
ceramic capacitors have ESR time constants between 20 and
200 ns, yielding the conventional load-line design framework
unsuitable, since it would require a switching frequency on
the order of 10 MHz [8]. Further, if ceramic capacitors with
ESR matching the desired output impedance are used, their
capacitance will be too low to provide adequate ripple filtering
and load transient support.

The bandwidth of converters with linear feedback control
is limited by stability constraints linked to the switching fre-
quency [8], [16]. Extending the bandwidth can result in cost and
board area savings, since it can reduce the required number of
capacitors [17]. However, increasing the switching frequency
to effect bandwidth extension results in additional switching
losses. Nonlinear duty-ratio control techniques have been pro-
posed to extend the effective bandwidth and improve transient
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performance [18]-[21]. However, these approaches tend to have
closed-loop performance which is difficult to predict and is sen-
sitive to noise. Hysteretic control could offer fast response as
well, however it is difficult to generalize to multi-phase con-
verters due to ripple-cancellation effects and the lack of an in-
ternal time reference for the phase shifting. Proposed multi-
phase hysteretic architectures [22], [23] appear to have high
sensitivity to noise, as well, due to the small amplitude of the
ripple signals. Finally, load-current feedforward has been used
to speed up the transient response in current-mode converters
with stiff voltage regulation [5], [24]. However, in [5] it is sug-
gested that fast feedback compensation can match the perfor-
mance of load-current feedforward. This may be true for partic-
ular converter designs but is not the case in general, as will be
argued in this paper.

In this work, we extend the load-line regulation framework
to encompass capacitor technologies with a wide range of time
constants, including electrolytic and ceramic capacitors. In
this context we identify the bandwidth limitations of feedback
approaches. In particular, the required loop bandwidth is in-
versely proportional to the output capacitor size. We propose
and demonstrate the use of linear load-current feedforward to
extend the useful control bandwidth beyond the limits imposed
by feedback stability constraints. We derive the feedforward
control laws for both voltage-mode and current-mode load-line
control. The load-current feedforward is used to handle the
bulk of the regulation action, while the feedback is used only to
compensate for imperfections of the feedforward and to ensure
tight dc regulation. In this case, the size of the output capacitor
is determined by large-signal transient and switching-ripple
considerations, and not by the feedback stability constraint.
We extend previous large-signal transient analyses to derive a
critical capacitance value which accounts for the capacitor time
constant, controller delay, load current slew rate, and allowable
load-line overshoot. It is demonstrated that for representative
ceramic-capacitor VR architectures, the large-signal and ripple
constraints on the output capacitor are less restrictive than
the feedback stability requirement. Therefore, eliminating the
feedback stability constraint by applying load feedforward
can reduce the required number of output capacitors. In par-
ticular, the electrolytic bulk capacitors in a VR design can be
eliminated, and the voltage regulation can be fully supported
by the ceramic high-frequency-decoupling capacitors in and
around the microprocessor socket cavity, at sub-megahertz
switching frequencies. The load-current estimate used in both
the feedback and feedforward control laws is obtained via
lossless inductor and capacitor current sensing.

In Section II, we generalize the load-line impedance to a dy-
namic quantity which is consistent for capacitor technologies
with both large (electrolytic) and small (ceramic) ESR time con-
stants. Section III reviews feedback load-line control methods,
extends them to a generalized load-line impedance, and identi-
fies their bandwidth limitations. Section IV introduces load-cur-
rent feedforward as a means of circumventing the bandwidth
limitation of pure feedback control, and derives feedforward
control laws for both voltage-mode and current-mode control.
Section V discusses large-signal constraints on the converter
load-transient performance, and identifies a minimum (critical)
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Fig. 1. Four-phase buck converter. The four phases are interleaved at 90° with
respect to each other, in order to reduce the output voltage ripple and input cur-
rent ripple.

capacitance value which can support the load transient. Sec-
tion VI identifies requirements on the output capacitor size due
to the switching ripple. Section VII compares the various con-
straints on the output capacitor size, in the context of micropro-
cessor VRs, and discusses load-current estimation and PWM
modulator choice. Finally, Section VIII presents simulated and
experimental results on feedback and feedforward control of a
four-phase buck converter with ceramic output capacitors.

II. LoAD-LINE IMPEDANCE REGULATION

Fig. 1 shows the simplified structure of a representative
four-phase buck converter, commonly used in microprocessor
VRs [25]. In the analysis in this paper, the multiphase converter
is modelled as a single-phase converter for simplicity, unless
stated otherwise. Conventional load-line control, as used in
microprocessor VR applications, sets the desired closed-loop
impedance R,.r equal to the output capacitor ESR r¢ [4], [5].
While this approach works well with capacitor technologies
with large ESR time constants 7¢ = r¢C, such as electrolytic
capacitors, it is not applicable to small ESR time constant
technologies, such as ceramic capacitors, due to their small
capacitance per unit ESR [8], [16]. With ceramic capacitors,
the capacitor size C' has to be chosen large enough so that it
provides adequate ripple filtering and load transient support.
Due to the small ESR time constant, this results in the ESR
being much less than the desired load-line impedance R,.¢.
Under these circumstances, it is natural to specify the load-line
impedance dynamically, so that in the low-frequency limit the
output impedance is equal to R,.f, and in the high-frequency
limit it converges to the capacitor ESR value r¢. To achieve
this, the load-line impedance can be set to

1+ s7¢

Zre é Rre T . D v
f £ ¥ sRoutC

ey

This is a generalization of the resistive output impedance in con-
ventional load-line control, where Z,.¢ £ R,et. This approach
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Fig. 2. Typical output voltage transient response with load-line regulation, as-
suming no duty-ratio saturation occurs. Illustrated are static and dynamic load-
lines, which are appropriate for electrolytic and ceramic output capacitors, re-
spectively.

reconciles the use of output capacitors with ESR lower than the
specified load-line impedance. The load-line is now given by

Vvo - I/vref - Zrero- (2)

In Fig. 2, the output voltage step response with a dynamic load-
line (e.g., with a ceramic capacitor) is compared to that with a
conventional static load-line (e.g., with an electrolytic capac-
itor). Note that this load-line impedance paradigm would be
consistent with an ideal capacitor with zero ESR, where 7¢ =
0.

It should be noted that the controller for a ceramic-capacitor
power train has to be designed so that the output impedance
is regulated to Z,.t, and not to R,.¢, since the latter approach
will result in undesirable load-line overshoot. Consider, for
example, the A, loading step in Fig. 2. Initially the output
voltage will drop by rc A, due to the capacitor ESR. If the reg-
ulator implements a static load-line with impedance R.et > ¢,
the controller will try to force the output voltage to drop by
Rt Al,, instead. The controller will initially decrease the
duty-ratio command, instead of appropriately increasing it to
handle to loading transient. Consequently, the inductor current
will initially decrease, instead of increasing, eventually making
the output voltage overshoot beyond the desired load-line.

III. FEEDBACK CONTROL APPROACHES
AND THEIR LIMITATIONS

Traditionally, feedback control approaches have been used to
implement load-line regulation. Here we review these methods,
extend them to the generalized impedance regulation described
in Section II, and identify their bandwidth limitations.

A. Switching Stability Constraint

In fixed-frequency switching converters with feedback con-
trol there is a fundamental limit on the loop-gain bandwidth
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which results in stable closed-loop operation. In particular, feed-
back bandwidth which approaches or exceeds the switching fre-
quency may result in nonlinear behaviors such as period-dou-
bling or chaos [26]. This stability constraint can be expressed
as

fe < afsw 3)

where f. is the feedback unity-gain frequency, and « is a con-
stant. According to Deslauriers et al. [27] the fundamental upper
limit for naturally-sampled, triangle carrier PWM is v = 1/3.
For practical designs o = 1/6 is recommended in [8]. In an in-
terleaved /V-phase buck converter the stable bandwidth can po-
tentially be extended by N times, due to the reduced modulation
delay [28]. However, in the presence of parameter mismatches
among the phase legs, aliasing effects at the switching frequency
may reduce the usable bandwidth [28]. Thus, (3) with o = 1/6
stands as a practical stability guideline, with the understanding
that for multi-phase designs it may be on the conservative side.

B. Load-Line Feedback

This approach is based on the principle that if an error signal
formed by subtracting the desired load-line trajectory from
the output voltage, is fed to a high gain feedback controller,
the output voltage will track the load-line. This method was
discussed in [6], and replicated in [15]. It can be used with both
voltage-mode and current-mode control. Similar approaches
have been used in a number of commercial integrated circuits
(ICs). Some commercial ICs use the inductor current, instead
of the load current, to form the load-line reference signal [11].
This results is additional derivative gain of the feedback con-
troller which tends to improve transient performance, provided
the closed-loop system is stable. In this work, we use the load
current in the definition of the load-line, and relegate the control
dynamics to the feedback and feedforward control laws, which
provides for a clean and flexible design framework.

A small-signal block diagram of the load-line feedback
scheme with a voltage-mode controller is shown in Fig. 3. Here

srcC +1

Gls) = s2LC + s(r, +rc)C +1

“)

is the transfer function between the controller command and the
output voltage, L = L, /N is the total power train inductance
for an N -phase converter, and ; is the series combination of the
total inductor resistance and the average switch and input source
resistance. The controller command v, incorporates the PWM
modulator voltage gain, v. = d - V;,, where d is the duty ratio
command and V;, is the input voltage. The open-loop output
impedance is

i (srcC + 1)(sL/r} + 1)
S2LC + s(ry, +r¢)C+ 1"

Zoo(s) = (5)
The feedback controller uses a standard PID control law, with
an extra high-frequency pole 1/7¢ which ideally cancels the
capacitor ESR zero

1 1
C =K |14+ +—+T EE—
i (s) ( Tt Ds) o ©
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Fig. 3. Load-line feedback block diagram with voltage-mode control.

The derivative term zero and the 1/7¢ pole provide a
—20 dB/dec rolloff above the LC' cutoff frequency, to en-
sure a good phase margin. Conventional design procedures can
be used to choose the PID parameters to yield good phase and
gain margins [29, Ch.9]. The high-frequency dynamics of the
feedback loop are modelled by

Wi (s) = e~ 5tam (7N

where 14 1, lumps the effective delay of the modulator, the gate
drivers, and the power switches.

From Fig. 3, the converter closed-loop output impedance is
calculated to be

Zoo/Zref + GWbefb
1+ GW g Chgy

Zo = Zret (8)
In Appendix A, it is shown that for Z, — Z..¢ with load-line
feedback control, the loop unity gain bandwidth f. has to be

£ > 1/21 Rt C. )

This observation is confirmed by the simulation results in [15].
However, as discussed in Section III, to avoid closed-loop in-
stabilities, the loop bandwidth should be below the switching
frequency. Combining (3) and (9) results in a trade-off rela-
tion between the number of output capacitors required and the
switching frequency used

1

C>» ——.
> 27r-RrefOéfsw

(10)
Thus, for a given switching frequency, the output capacitor
should be selected sufficiently large to meet the stability con-
straint.

C. Voltage Feedback With Finite dc Gain

This approach uses the fact that a power converter with fi-
nite, nonzero dc feedback gain has a finite, nonzero closed-loop
output impedance. Thus, by appropriate selection of the feed-
back control law, the converter closed-loop output impedance
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Fig. 4. Model of current modulator with current (inner) loop closed.

Power Train
with closed current loop

Fig. 5. Block diagram of current-mode load-line control with finite dc gain
compensator Y, .

can be set to a particular value. This approach is readily imple-
mentable with current-mode control, while its use with voltage-
mode control is not practical [8]. This method, developed for the
special case of the output impedance equal to the output capac-
itor ESR, was introduced in [4] and [5]. In the discussion below
it is extended to the control of a general output impedance Z,.f,
as defined in (1).

Fig. 4 gives the model of a buck converter with a current-
mode controller. Parameter I is the current command provided
by the voltage (outer) control loop, and R is the effective cur-
rent-loop gain. The current-loop gain is modelled as

I/ill

:Fm in —
Br =tV = 3

(11)

where M. is the compensation ramp slope, and Ty = 1/ fosw
is the switching period [29, Ch.12], [30]. Without a compensa-
tion ramp (M, = 0), the effective current-loop gain is infinite
(Rr — o0), reflecting the sliding-mode nature of the current
loop.

Fig. 5 shows a control block diagram of the complete con-
troller. The transfer function between the current command and
the output voltage, with the current-loop closed, is

NR[(S’I"CC + 1)
S2LC 4 s(Rr+ry +rc)C +1

G(s) = (12)
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where N is the number of phases. The corresponding open-
voltage-loop output impedance is

(Rp 4+ 7)) (srcC + 1) (sﬁ + 1)
s2LC + s(Ry + 15, +1c)C +1

Zo0(s) = 13)
Note that for high current-loop gain Rj, both (12) and (13)
become independent of the inductor value L, since the cur-
rent loop provides for this desensitivity [29, Ch.12]. Finally, the
closed-loop output impedance of the converter is

ZOO

Zy= oo 14
14+ G6Wa Y, (14)

where parameter W, (s) models the loop delay, analogously to
(7), and Yy, is the feedback control law.

Assuming a high value of the current-loop gain (R; — o),
ignoring the high-frequency dynamics (Wg, = 1), and re-
quiring Z, = Z,ef, we obtain the feedback control law

1

7 —
ft Nchf(l + STc)

(15)
which is consistent with the derivation for the case of R, =

r¢c [4], [5]. Under this control law, the voltage-loop unity gain
bandwidth is

1

fe= MRyt C

(16)
Indeed, for the case R,.t = r¢, f. has been previously identi-
fied as a critical bandwidth which constrains the switching fre-
quency choice [8], [16]. Analogously to Section III-B, we can
combine (16) with the bandwidth stability constraint (3) to link
the required output capacitance to the switching frequency

1

= 17
27TRrefafsw ( )

Clearly, the voltage-loop bandwidth requirement (16) and the
associated output capacitor constraint (17) are more relaxed
compared to those for load-line feedback control given in (9)
and (10), respectively. However, here we have assumed infi-
nite current-loop gain. In practice, a compensation ramp may
have to be introduced in the current-mode PWM modulator
for stability and noise-immunity purposes, which reduces the
effective current-loop gain [29, Ch.12]. If a compensation
ramp is introduced, the voltage-loop control law (15) has to be
modified to reflect the finite current-loop gain.

Finally, it should be pointed out that when used with peak or
valley current control schemes, this method incurs a dc output
voltage offset. Since the feedback loop controls the peak or
valley inductor current rather than the average current in each
phase, the output voltage is shifted from the reference load-
line by NR,otAlry p—p/2, where Alry,—, is the peak-to-
peak phase current ripple. This problem can be remedied by ap-
propriately adding a slow integrator to force the average phase
inductor current to equal the current command /...

IV. LOAD-CURRENT FEEDFORWARD CONTROL

The load-line regulation approaches discussed in the previous
sections are based on feedback, and it was shown that their
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Fig. 6. Voltage-mode load-line control block diagram with load-current
feedforward.

bandwidth is fundamentally limited by stability constraints.
Feedforward is a control paradigm which can complement
feedback by providing a fast response to load-current transients.
Generally, feedforward is used to cancel the effects of known
disturbances, and provide anticipativeactionintrackingtasks[31,
Ch.3],[32, Ch.7]. Forexample, assume that the converter load is a
currentsource with variable current. If we can measure or estimate
the variations of the load current, we can compute the appropriate
control actions that would result in the desired output load-line,
without invoking feedback. In this case, the load current is an
exogenous variable rather than a state variable of the converter,
since the load is an independent current source. Thus, the gain
and bandwidth of the feedforward are not limited by stability
considerations [32, Ch.7], and therefore the feedforward can
provide very fast response to load changes. The major limitation
of feedforward is that to calculate the feedforward control law,
a model of the power train is required [31, Ch.IL.3]. Since it is
virtually impossible to have an exact model of the converter,
feedforward cannot provide tight regulation by itself. Therefore,
toeffectfastand precise regulation, acombination of feedforward
and feedback should be deployed: The feedforward rapidly
computes the bulk of the regulation action, while the feedback
damps resonances, and compensates for imperfections of the
feedforward. Load-current feedforward can be used with both
voltage-mode and current-mode control, and the feedforward
control laws for both cases are derived below.

A. Voltage-Mode Control

Fig. 6 shows a block diagram of the buck converter with
voltage-mode load-line control from Fig. 3 with an added load-
current feedforward path. Here, Cg is the feedforward control
law, and

Wg(s) = e (18)
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models the delay of the feedforward path. The closed loop
output impedance is

_ Zoo + G(Z1et W, Cpi, — W Crr)
o 1+ GWyCh, ’

Z, (19)
The feedforward control law can be derived by setting the
closed-loop output impedance (19) equal to the desired value
Zyef, yielding

Zoo - Zrcf

“WaG (20

Cr(s) =
Note that if the ideal feedforward law (20) could be imple-
mented, the output impedance would have the desired value
Z, = Zyet and no feedback is necessary. In reality, this is impos-
sible due to parameter uncertainties and the fact that Wyg con-
tains delay, thus Cy would be anticausal. A practical implemen-
tation C; can approximate Cg with an error §Cyg

Cgf = Cg + 6Cg. 21
Then the output impedance (19) becomes
603 Zoo/Zref -1
Zo="Twt|1— — 222~ )., 22
f ( Cg 1+ GWbefb> (22)

Thus, the feedforward carries out the bulk of the regulation
action, and the feedback acts only to decrease the feedforward
nonideality. In particular, at low frequencies the uncertainty
term in (22) approaches zero due to the high feedback gain,
while at very high frequencies it is attenuated by Zoo/Zyet
approaching unity.

Expanding (20) yields the exact expression for the feedfor-
ward law

Cff(s) = {SZLCTc(l — TCRref/L}
=+ S[L + Tc(’I”IL — 2Rref)] + TIL - Rref}

J{(s7c + 1) (s ReetC + 1)Wi(s) }. (23)
Noting that typically L/ R,ef >> 7 and L >> |7¢ (1], — 2Ryef)],
and further ignoring the delay term and the dc term, since dc
regulation is handled by the integral feedback, the feedforward
law can be approximated as

sL

C N —.
H(S) SRefC +1

(24)
Thus, the design of the feedforward law with voltage-mode con-
trol requires knowledge of the power train inductance and output
capacitance.

B. Current-Mode Control

The same load-current feedforward control approach can
be used with current-mode control. The block diagram of the
system, with the current (inner) loop closed, has the same
structure as that in Fig. 6, except now the voltage-loop con-
troller generates a current command which is fed to the current
controller. The transfer function between the current command
and the output voltage, with the current-loop closed, is given
by (12). The open-loop output impedance is given by (13). The
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feedforward control law is derived analogously to that in the
voltage-mode case

Ce(s) = {s’LCOT¢(1 — 7¢ Reet /L)
+ S[L + TC(RI + TIL - 2Rref)]
+ RI + 'rIL - Rref}

/{NR](STG + 1)(SRrOfC + I)Wﬂ(s)} (25)

Assuming high current-loop gain (R; — oo) and ignoring the
delay term (Wg = 1), the feedforward law can be approximated
by

1
C N —. 26
()~ T (26)
The feedback control can use a PI law
K 1 1
C =— |1+ — 27
m(s) N < +’T15> ste + 1 7)

since current-mode control provides a —20 dB/dec rolloff up to
the current-loop bandwidth, and hence no derivative term is nec-
essary. The integral term may be necessary to provide infinite dc
loop gain in the cases when the load has finite impedance or a
compensation ramp is used, limiting the voltage loop dc gain.
One major advantage of current-mode control is that, unlike the
voltage-mode case, no precise knowledge of L is needed for the
design of Cg and Cg,, thus allowing for more robust controller
designs.

C. Stability With Finite-Impedance Load

The derivations above assume that the load is a variable cur-
rent source with infinite impedance. However, if the load has
finite impedance, the load current is a function of the output
voltage,

1,(Vs) = Zl;;dVO' (28)

This corresponds to adding a gain block Zlgid between the

output voltage and the input current in the system block dia-

gram in Fig. 6. This additional feedback loop has gain

|ZoZigaal <170l | Zicaal - (29)

For microprocessor designs, |Z,] ~ 1 mQ and |Zjoad| >

1 V/100 A = 10 mf2. Therefore, the loop gain magnitude

in (29) is less than one. Further, Z, and Zlgi q have stable

dynamics. Thus, by the small gain theorem [32, Ch.5], the
closed-loop system loaded with a finite impedance is stable.

V. LARGE-SIGNAL CONSIDERATIONS: CRITICAL CAPACITANCE

During large load current transients the inductor current slew
rate is limited by the supply rails. The maximum voltage which
can be imposed across the inductor is

- ‘/ref‘,

VE = Vi for loading step
L= ‘/ref - RrefAIo-,

for unloading step. (30)

Here, we are ignoring the inductor and switch resistances, which
will decrease V}* for the loading step, and increase it for the
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Fig. 7. Buck converter transient response model for a large unloading current
step.

unloading step, by a small amount. If tight regulation is re-
quired, the output voltage should not overshoot from the speci-
fied load-line during large load transients. This requirement con-
strains the power filter components. In particular, for a given
total (all phase inductors in parallel) inductance value, there is
a minimum output capacitance value (critical capacitance) for
which this requirement can be met.

The original derivation of the critical capacitance [4], [5] as-
sumes that the load-line impedance is equal to the output capac-
itor ESR (Z,et = r¢). As discussed in Section II, this design
choice is typical for converters using electrolytic output capaci-
tors, however, it is not practical with ceramic output capacitors.
Here we derive the critical capacitance for a more general output
impedance as defined in (1) of Section II. Further, the results
presented here incorporate the controller delay and the load cur-
rent slew rate, which have not been previously accounted for.

Fig. 7 shows a model of the buck converter response for a
large unloading transient. The unloading current step can be
modelled by a magnitude AT, and a time constant 7; which
characterizes the rise/fall time (or slew rate). The controller
is assumed to have a response delay ¢4, after which it applies
maximum control effort by saturating the duty ratio to zero.
Linear-system time constants associated with the controller re-
sponse can be incorporated in ¢,4. Further, the switching node
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voltage is modelled as an average value over one switching pe-
riod V,, since the delay effects of the switching action can also
be lumped in ¢4. Finally, current microprocessor VR specifi-
cations allow the output voltage to overshoot by some amount
AV, above the defined load-line during unloading transients
(see Table I), to reduce the output capacitor requirement [3].
The loading transient can be analyzed analogously. For this
model, the critical capacitance required for tight transient load-
line support is derived in Appendix B, yielding (31), shown at
the bottom of the page, where t;, = LAIL,/V} and Loy =
TV /AL, The above expression yields two values for the crit-
ical capacitance—one for the loading, and one for the unloading
transient—which typically have different V}, as shown in (30).
The larger value of the two should be used in design. The quan-
tity L.t has been identified as a critical inductance value below
which the output voltage transient is independent of the induc-
tance value [6]-[8]. In [6]—[8], it is suggested that the converter
total inductance should be designed to match this critical induc-
tance value. This is readily implementable in designs using elec-
trolytic capacitors, which have a large ESR time constant. How-
ever, it is clear that for capacitor technologies with a small ESR
time constant, such as ceramic capacitors, this design choice im-
plies impractically small inductance values. The result in (31)
presents a consistent framework for transient design with in-
ductances above the critical value. They indicate that for de-
signs with a small capacitor ESR time constant, where typically
L > Lt reducing the inductance value is beneficial, from a
transient performance perspective, since this decreases the re-
quired output capacitance via parameter ¢7,. These results also
show how the converter delay and the load current slew rate af-
fect the capacitance choice: larger controller delay and load slew
rate require larger output capacitance to handle the transient.

VI. SWITCHING-RIPPLE CONSIDERATIONS

The switching-ripple constrains the power train design with
regard to both regulation performance and efficiency. The in-
ductor current ripple of a single phase has a peak-to-peak am-
plitude of

I, (32)

Alpgp—p =

and a frequency of fsw [29, Ch.2]. The inductor current ripple
incurs conductive and core losses which may aggravate the con-
version efficiency, and limit high-frequency performance [29,
Ch.13]. The total inductor current (sum of all inductor currents)
ripple of an /V-phase interleaved buck converter can be shown
to be

ViaT'D*(1 — N D)
L,

Al p= (33)

(e + ta - 71)/(Ryet + AVos /AL),
Clrit ~ / (Ryet + AVios/AL)

2
tp 4 Tc —
(2+2tL+td I

for L < Leyit,

for [ > Lexit, @D

?
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where D* = mod(D, 1/N). The total inductor current ripple
frequency is NV f. . In buck converters with a coupled inductor,
the total inductor current ripple is also given by (33), however
the phase current ripple is smaller than that in conventional un-
coupled implementations [9], [10]. In particular, the phase cur-
rent ripple is equal to the total-inductor current ripple (33) di-
vided by the number of phases IV

VinI'D*(1/N — D*)
Ly

AILd),p—p,couplod = 34
which is always smaller than (32) for a given set of power-train
parameters.

The total inductor current ripple (33) results in voltage ripple
across the output capacitor and its ESR. The output voltage
ripple can be accurately approximated by combining the mag-
nitudes of the capacitor and ESR ripples, yielding

Alrp—p T\’ 2

C <8N> e
Note that expression (35) does not include the ripple contri-
bution due to the output capacitor effective series inductance
(ESL). The ESL depends strongly on the capacitor packaging
and circuit layout [33], [34]. Since the output voltage ripple af-
fects the regulation performance, it can be yet another factor
constraining the choice of output capacitor. Finally, note that
while the interleaved multiphase operation reduces the output
voltage ripple (35), it does not affect the inductor current ripple
in the individual phases (32), in a conventional, uncoupled in-
ductor design.

AVypp ™ (35)

VII. APPLICATION TO MICROPROCESSOR VRS

Load-line regulation is adopted as a standard control method
in microprocessor VRs [3]. Hence, the discussion above can be
applied directly to the design of VRs.

A. Output Capacitor Size

Three important design considerations that impose a lower
limit on the VR’s output capacitance were discussed in the pre-
vious sections: First, the capacitor size is constrained by feed-
back stability requirements as given by (10) and (17). Second,
the critical capacitance requirement (31) has to be met for both
the loading and unloading transients. Third, the output voltage
ripple (35) limits the capacitor choice as well. In Fig. 8, these
constraints are plotted versus switching frequency for a number
of VR architectures, assuming VR parameters from Table I, and
N = 4, TC = 24 ns, AIL¢7p_p =38 A, AVYOJ,_Z, =16 Il’lV,
tq = 100 ns, and o« = 1/6. For these specifications, the phase
inductance is calculated from (32) for the VR examples with un-
coupledinductors, and from (34) for the coupled-inductor design.
Fig. 8(a) characterizes a conventional 12 V-input VR topology.
Fig. 8(b) presents a coupled-inductor implementation [9], [10]
which meets the specified phase current ripple requirement with
much smaller total inductance (see Section VI). As a result of the
lower total inductance, the loading and unloading transient con-
straints on the output capacitance are relaxed, compared to the
uncoupled case. However, the lower inductance also yields higher
total inductor current ripple, requiring larger capacitance to main-
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Fig. 8. Minimum output capacitance constraints versus switching frequency,
associated with unloading and loading transient response, feedback stability,
and output ripple. (a) Vi, = 12 V. (b) Coupled inductors. (c) Synchronous
rectifier turned off during unloading. (d) Vin = 5 V. Note: In (d), the output
ripple constraint yields Cynin <10 pF which is below the range of the plot.

TABLE I
SAMPLE MICROPROCESSOR VR SPECIFICATIONS

Vin input voltage 12V
Vier reference output voltage 1.2V
Tomaz max. load current T8 A
Al, max. dynamic load step 55A

T load step time constant 85 ns
Ryef closed-loop output impedance 1.4 mQ2
AV, output tolerance band +25mV
AV, max. extra unloading overshoot 50 mV
Atos max. extra overshoot duration 25 us

Source: Intel Corp. [3]

tain the specified output voltage ripple. Fig. 8(c) depicts a con-
verter with “body braking” which turns off the synchronous recti-
fier when the duty-ratio command saturates to zero, forcing con-
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duction through the body diode, and thus increasing the voltage
across the inductor by a diode drop Vp [11]. In this calculation,
it is assumed that Vp = 1 V. Fig. 8(d) characterizes the second
stage in a two-stage VR topology, powered from an intermediate
5-V bus [12]. Note that in all cases the feedback stability require-
ment dominates the other constraints. This is especially true for
architectures that are specifically tailored for efficient low-con-
version-ratio operation [Fig. 8(b)—(d)]. Importantly, if load-cur-
rent feedforward is used, as discussed in Section IV, the feedback
stability constraint is removed since ideally there are no stability
limitations of the feedforward control path. In such a case, Fig. 8
suggests that the size of the output capacitor can be reduced by
factors of atleast 2 to 8, depending on the architecture used. Thus,
the regulation specification can be met with a small number of
multilayer ceramic capacitors (MLCCs) in the range of hundreds
of uF at sub-MHz switching frequencies.

B. Load-Current Estimation

The load feedforward control strategy discussed in Section IV
assumes that the load current is measured. Sensing the load
current directly is not practical since it will require inserting
a sense resistor in the load current path, thus increasing the
output impedance and power loss, or using an expensive Hall-ef-
fect current sensor. Alternatively, the load current can be recon-
structed from estimates of the inductor and capacitor currents
since [1], [6], [15]

I, =1, —Ic. (36)

The inductor current can be estimated with an RC filter con-
nected in parallel with the inductor, and having time constant
equal to this of the inductor. This “lossless inductor sensing” ap-
proach has been used successfully in commercial products [11].
The capacitor current can be estimated in the same way. A VR
implementation diagram, using this load current estimation ap-
proach and passively summing the inductor current estimates of
the different phases [1], [15] is shown in Fig. 9.

In the case of perfect matching of the estimator and power
train parameters, the injection of the load current estimate in the
controller does not affect the closed-loop poles and zeros of the
system. This is due to the fact that /7, and /¢~ contain the same
state information, when the load is a current source, and this
state information is subtracted out when the two are combined
in (36) yielding the exogenous variable I,,. In practice, there
typically is some mismatch between the estimator and power
train parameters, resulting in the load current estimate becoming
a function of the converter state variables and hence altering the
system pole and zero locations. For small mismatches this effect
is small, and can be tolerated in a properly designed controller.

Finally, other load current estimation approaches can be de-
ployed as well. For example, methods involving adaptive param-
eter estimation may provide a more accurate and robust load-
current estimate.

C. PWM Modulator

A switch modulation scheme having a very low latency is es-
sential for achieving a fast controller response with load-current
feedforward. Good candidates include unlatched level-sensitive
PWM (with some hysteresis for noise immunity), leading-edge
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Fig. 9. Implementation diagram of a two-phase buck converter with load-line
regulation and estimated load-current feedforward.

latched PWM, two-sided latched PWM [35], and valley cur-
rent-mode control [36]. All of these have turn-off latency equal
to or less than the steady-state on-pulse-width, which is about a
tenth of the switching period in 12 V-input VRs.

D. Dynamic Reference Voltage

In this discussion we have assumed that V,.f is constant. In
modern microprocessor systems Vi.r can be adjusted during
operation. However, this happens at slow rates compared to
changes in the load current (e.g., reference voltage slew rate
of 2.2 mV/us, [3]), and hence tracking it does not present a
substantial challenge. In fact, a simple and effective reference
voltage feedforward, providing good tracking up to the LC'
cutoff frequency, can be accomplished by directly adding Vet
to the input of the PWM modulator.

VIII. SIMULATIONS AND EXPERIMENTAL RESULTS

A. Converter Implementation

To demonstrate the use of load-current feedforward to
improve load-line regulation performance, a four-phase ver-
sion of the controller structure in Fig. 9 was implemented.
A synchronous buck converter board (International Recti-
fier IRDCiP2002-C) was modified to incorporate estimated
load-current feedforward. The on-board PWM modulator
(Intersil ISL.6558) uses voltage-mode, latched trailing-edge
modulation with phase-current balancing. The converter pa-
rameters are summarized in Table II. The feedforward law (24)
from Section IV-A was used.

B. Simulations

The system was simulated in PSIM (Powersim Inc.). Figs. 10
and 11 show the converter transient response to load steps of dif-
ferent magnitude, with and without load-current feedforward.
In Fig. 10, a small 8-A load step is depicted. With load-current
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TABLE II
EXPERIMENTAL CONVERTER PARAMETERS

Power Train

N number of phases 4
Vin input voltage 12V
Iy maee max. load current 120 A
The high-side switch on-resistance 21 mQ2
Tig low-side switch on-resistance 3mQ
Ly phase inductors 390nH@ 15 A
TLé inductor ESR & trace resistance 0.7 mQ2
Chur  output bulk cap. 8x100 pF (ceram.)
Tewvuik  Output bulk cap. ESR time const. 0.2 us
Chy output high-freq. decoupling cap. 10 + 0.1 uF (ceram.)
Tcny  output high-freq. cap. ESR time const. 24 ns
PID Controller
Vier reference voltage 1.3V
R,y  closed-loop output impedance 1.3 mQ2
fsw switching frequency 1 MHz
K proportional gain 20
Ty integral time 17 ps
Tp derivative time 3.7 us
1% high-freq. pole 0.55 MHz
274 high-freq. pole 1.5 MHz
tq control delay before modulator 100 ns
Loop Gain
PM phase margin 47°
GM gain margin 10dB
fe unity gain frequency 200 kHz
Load-Current Estimator
Ry s Ip estimator res. per phase 30.9 k2
CLs I}, estimator cap. 66 nF
Res I estimator res. 222 Q
Ceys I estimator cap. 560 pF

feedforward the output voltage adheres tightly to the prescribed
load-line [Fig. 10(a)]. In Fig. 10(b), it can be seen that the feed-
forward path contributes the bulk of the duty-ratio command
signal, while the feedback signal has a small magnitude. In con-
trast, without load-current feedforward, the control effort is de-
termined solely by the feedback path, and the output voltage
deviates substantially from the desired load-line. The feedback
unity-gain bandwidth is limited to 200 kHz, which is one-fifth
of the switching frequency, for the stability reasons discussed in
Section ITI-B. However, according to (9), for the load-line feed-
back approach to work successfully, the bandwidth has to be
substantially larger than 1/27R,.C = 153 kHz, which could
not be achieved here due to the stability constraint. Clearly,
the load-current feedforward circumvents this limitation by pro-
ducing a large, fast, exogenous control signal.

Fig. 11 depicts the converter response to a large 52-A load
current transient. The loading transient is a scaled version of
the 8-A loading response, since the system has linear average
behavior. The unloading step, however, results in duty-ratio sat-
uration at zero, due to the low output voltage. The converter be-
havior under duty-ratio saturation is consistent with the discus-
sion in Section V. Indeed, solving (31) for the unloading voltage
overshoot yields AVys = 67 mV which matches the simulation.
Notice that, compared to pure feedback control, the load-cur-
rent feedforward decreases the output voltage overshoot, since
it drives the duty ratio to saturation faster.
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Fig. 10. Simulated 8-A load transient, from 60 A to 68 A to 60 A, with and
without load-current feedforward. (a) Output voltage. (b) Duty ration command
(ac component). (c) Load and total inductor current.

C. Hardware Measurements

Fig. 12 shows the experimental prototype transient response,
with and without estimated load-current feedforward, for 52-A
loading and unloading transients, analogously to Fig. 11. Due to
hardware constraints of the pulsed load circuit, the loading cur-
rent step has a time constant of about 250 ns. The unloading cur-
rent step is much faster, completing the step in less than 200 ns.

From the figures it can be seen that the estimated load current
follows very well the measured current with a delay of about
100 ns. The 4-MHz switching noise present in the load-current
estimate results from parasitic coupling to the sense wires which
were soldered on top of the converter board. The switching noise
does not affect the dc regulation precision because it is attenu-
ated by the PID controller. Further, in a dedicated implemen-
tation, the sensing can be done through buried, shielded PCB
traces, thus reducing both electrostatic and magnetic pickup.

The loading transient in Fig. 12(a) resembles closely the
simulation in Fig. 11. With pure feedback control the output
voltage sags by 35 mV below the load-line, corresponding to
overshoot of more than 50%. On the other hand, load-current
feedforward effects tight load-line regulation. The unloading
transient in Fig. 12(b) is similar to the one in Fig. 11 as well. The
combined feedback and feedforward control produces a slightly
better voltage response than the feedback alone, implying a
faster transition to duty-ratio saturation. The improvement with
feedforward control is not as substantial as that for the loading
transient, since the duty-ratio saturation fundamentally limits
the performance. An overshoot of about 85 mV is observed,
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Fig. 11. Simulated 52-A load transient, from 60 A to 112 A to 60 A, with and (b)

without load-current feedforward. (a) Output voltage. (b) Duty ration command
(ac component). (c) Load and total inductor current.

which is expected since the duty ratio saturates to zero about
300 ns after the beginning of the step, and (31) predicts over-
shoot of AV,s = 80 mV for these conditions. The transient
regulation here can be enhanced if the synchronous rectifier is
turned off (body braking), or if a smaller total inductance is used
(e.g., with coupled-inductors), as discussed in Section VII-A.
Finally, Fig. 13 shows a smaller, 8-A experimental unloading
transient which parallels the simulation in Fig. 10 with some
additional sensing and measurement noise associated with the
prototype. Again, it is clear that the combination of feedback
and feedforward provides tighter output impedance regulation
than feedback alone.

IX. CONCLUSION

This paper presented a consistent framework for load-line
regulation of the buck converter using output capacitors with
an arbitrary ESR time constant, encompassing electrolytic and
ceramic technologies. In both current-mode and voltage-mode
control, load-current feedforward can extend the useful band-
width beyond that achievable with pure feedback, since feed-
forward is not limited by stability constraints. The load-current
feedforward is used to handle the bulk of the regulation action
by providing a fast duty-ratio control signal. The feedback is
used to compensate for imperfections of the feedforward and to
ensure tight dc regulation. With load-current feedforward, the
output capacitor size is limited only by large-signal transient and

Fig. 12. Experimental 52-A load transient, with corresponding estimated load
current, with and without load-current feedforward. (a) Loading step from 60 to
112 A. (b) Unloading step from 112 to 60 A.
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Fig. 13. Experimental 8-A unloading transient, from 68 A to 60 A, with corre-
sponding estimated load current, with and without load-current feedforward.

switching-ripple considerations. In particular, for representative
ceramic-capacitor VR architectures, the large-signal and ripple
constraints are shown to be less restrictive than the stability re-
quirement, indicating that the use of load-current feedforward is
advantageous in this application. The load current can be esti-
mated from the inductor and capacitor voltages with simple RC
networks, or with another lossless sensing method. Different
types of PWM modulators can be used as long as they have
low latency. The ability of estimated load-current feedforward
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to provide tighter load-line regulation than pure feedback con-
trol was demonstrated with an experimental 12-to-1.3 'V, all-ce-
ramic capacitor, multi-phase buck converter. These results point
to the feasibility of microprocessor VR implementations using
only a small number of ceramic output capacitors.

APPENDIX

A. Bandwidth Requirement for Load-Line Feedback Control

Load-line feedback control was discussed in Section III-B.
Here, we derive a feedback-loop bandwidth requirement which
guarantees the desired output-impedance regulation with this
type of control. Assume a perfectly designed PID controller
which provides a —20 dB/dec rolloff of the loop gain Cg, Wg,G
with a unity gain bandwidth of w, = 27 f,

Cr(8) Wi (8)G(8) = we/s. 37)
The closed-loop output impedance (8) then becomes
Zoo/Zrof + wc/s
Lo =Lyt ——————. 38
o, 7s (38)

At low frequencies, s —0 and Z, — Z.¢, as desired. At
high frequencies, the open-loop impedance is dominated by the
output capacitor

N 1+ s1¢

1
Zoo = ol for |s| > —

VLC

where 7¢ is the capacitor ESR time constant. Substituting (39)
in (38), expanding Z,.¢ to its definition in (1), and rearranging
terms, we obtain

(39)

1 s
Z ~ Z . we Reet C + 1 + W_c
o ref 1+ wi

(40)

Clearly, if Z, — Z,.t, then it must be true that w. > 1/R,.sC,
or, equivalently, f. > 1/27R,tC.

B. Critical Capacitance Calculation

Fig. 7 shows a model of the VR response for a large unloading
transient. The unloading current step can be modeled by a mag-
nitude A, and a time constant 77 which characterizes the slew
rate

I(t) = I,(0) — AT(1 —e7t/™) (41)
for t >0.

Following the load step at £ =0, the controller reacts after
some delay t; inherent in a physical implementation (Fig. 7).
Before the controller has reacted, for 0< ¢ < t4, the inductor
current remains approximately at its initial value I, =~ 1,(0),
since the output voltage practically stays constant. Then, the
capacitor current is

Ie(t) = I — L(t) 42)
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and the capacitor voltage is

Vo(t) = 1 /Ot Ic(t")dt' + V,(0)

C (43)

where
Vo(0) = Viet — Ryetl,(0). (44)

The output voltage is then

V,(t) = Ve(t) + rele(t)
L MRS B
(45)

for 0< ¢ < tg4.

After the delay, the maximum control effort the controller can
exert is to saturate the duty ratio to zero. Thus, for ¢ > t,4, the
inductor voltage is

Vi(t) = =Vo()
— Vet + Rreflo (t)
_‘/ref + Rref(Io(O) - AIO)

_VE

Q

> &

(40)

ignoring the load current time constant (77 = 0). These approx-
imations are reasonable, since under duty ratio saturation V7, (¢)
is dominated be the constant V,.¢. The inductor current is then

IL(t) = AL — Vi (t — ta)/ L. 47)

Thus, the output voltage is

_Ag

Vi) =

1 TC
t— —(t—tg)> — =(t—t
[ 2tL( d) tL( d)

+(rc — 71) (1 - e‘””)} + Vo(0)  (48)

fort > tq, where ty, = LAL,/V}.
We require that the output voltage does not exceed the load-
line specification
Vvo (t> S Vo(()) + RrefAIo- (49)
Since the maximum voltage value max(V,) is reached at time
tmax > ta, the critical capacitance can be derived from (48), by
setting
max(V,) £ V,(0) + Ryt AL, (50)
The time ¢,,,,x When the maximum voltage value is reached, can

be obtained by setting the first derivative of (48) to zero, and
solving for ¢

dVo(t) Al
a ~— C

|:1— i(t—td+'rc)

tr
+ (T—C - 1> et/”} 20, (51
TI
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The above equation is transcendental, and thus an analytical so-
lution for ¢ cannot be derived in general. However, for the case
of high slew rate load steps (small 77), which are most chal-
lenging in practice, the exponential term in (51) has negligible
contribution to the solution #,,,x, and can therefore be ignored.
Further, the maximum voltage cannot physically occur before
time ¢4, thus

[ ta, for L < Lyt
tmax = { tqg +1tr, — TC, for L > Lcrit (52)
where Lo = 7¢V}/AIL,. In the general case, tmax can be

obtained by solving (51) numerically.

Combining (48) and (51) to eliminate the exponential
term, and substituting t,,,x for ¢, we obtain an expression for
max(V,). Inserting the result in (50) and solving for C' we
obtain

1 (tmax - td>2
Ccri = —— [tmax - 5,
¢ Rref e 2tL
_ (TC + TI>(tm;X — td) + TCTI:| (53)
L

Substituting the approximate value of ¢,,,x from (52) in the
above expression yields

(TC + td - TI) /Rref7 for L S Lcrit
T2
(%‘i'ﬁ'i'td_TI)/Rref; forL>Lcrit~
(54)

Ccrit ~

This derivation assumes that the inductor current ripple is small
compared to the full load step. A discussion of the effect of large
inductor current ripple on transient performance can be found in
[37].

Finally, if the output voltage is allowed to overshoot above the
defined load-line during large transients, this overshoot AV,
can be added on the right-hand side in (49) and (50). This re-
sults in a modified critical capacitance value (31) which is less
stringent than (54) for AV,s >0.
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